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ABSTRACT  
Power supply management is important for MEMS (Micro-Electro-Mechanical-
Systems) bio-sensing and chemical sensing applications. The dissertation 
focuses on discussion of accessibility to different power sources and supply 
tuning in sensing applications.  
First, the dissertation presents a high efficiency DC-DC converter for a 
miniaturized Microbial Fuel Cell (MFC). The miniaturized MFC produces up to 
approximately 10µW with an output voltage of 0.4-0.7V. Such a low voltage, 
which is also load dependent, prevents the MFC to directly drive low power 
electronics. A PFM (Pulse Frequency Modulation) type DC-DC converter in DCM 
(Discontinuous Conduction Mode) is developed to address the challenges and 
provides a load independent output voltage with high conversion efficiency. The 
DC-DC converter, implemented in UMC 0.18µm technology, has been thoroughly 
characterized, coupled with the MFC. At 0.9V output, the converter has a peak 
efficiency of 85% with 9µW load, highest efficiency over prior publication. 
Energy could be harvested wirelessly and often has profound impacts on 
system performance. The dissertation reports a side-by-side comparison of two 
wireless and passive sensing systems: inductive and electromagnetic (EM) 
couplings for an application of in-situ and real-time monitoring of wafer 
cleanliness in semiconductor facilities. The wireless system, containing the 
MEMS sensor works with battery-free operations. Two wireless systems based 
on inductive and EM couplings have been implemented. The working distance of 
the inductive coupling system is limited by signal-to-noise-ratio (SNR) while that 
of the EM coupling is limited by the coupled power. The implemented on-wafer 
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transponders achieve a working distance of 6 cm and 25 cm with a concentration 
resolution of less than 2% (4 ppb for a 200 ppb solution) for inductive and EM 
couplings, respectively.  
Finally, the supply tuning is presented in bio-sensing application to 
mitigate temperature sensitivity. The FBAR (film bulk acoustic resonator) based 
oscillator is an attractive method in label-free sensing application. Molecular 
interactions on FBAR surface induce mass change, which results in resonant 
frequency shift of FBAR. While FBAR has a high-Q to be sensitive to the 
molecular interactions, FBAR has finite temperature sensitivity. A temperature 
compensation technique is presented that improves the temperature coefficient 
of a 1.625 GHz FBAR-based oscillator from -118 ppm/K to less than 1 ppm/K by 
tuning the supply voltage of the oscillator. The tuning technique adds no 
additional component and has a large frequency tunability of -4305 ppm/V. 
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Chapter 1 
INTRODUCTION 
1.1 DC-DC Conversion for a Miniaturized Microbial Fuel Cell 
The global challenge of fossil fuel has made the research into alternative energy 
sources a widely studied area. One of the attractive alternatives is the microbial 
fuel cell (MFC). A microbial fuel cell converts chemical energy into electrical form 
through the catabolism of bacteria. Most MFCs are in macro-sized forms that 
serve as prototypes of large power sources or energy-efficient wastewater 
treatment technology (Logan, 2010; Liu et al., 2008; Dekker et al., 2009). Recent 
activities are to miniaturize MFCs for portable power sources (Choi et al., 2012; 
Choi et al., 2011; Ren et al., 2012; Chiao et al., 2006) as well as for studies of the 
behavior of individual exoelectrogen (Parra et al., 2010). 
 The miniaturized MFC has demonstrated a power density in the order of 
10µW/cm2 and is able to produce a power of about 10’s µW in the lab (Choi et 
al., 2012). Such an energy level could be utilized to supply low power electronics 
and has wide applications including wireless sensor network and implantable 
micro-devices (Carlson et al., 2012). 
 Direct powering the low power electronics with a MFC possesses, 
however, challenges. The typical output voltage of a MFC is less than 0.7 V and 
is load dependant. To address the challenge, a DC-DC converter needs to 
interface MFC to stabilize the DC output and boost it to the value that electronics 
work with. In addition, the converter is demanded to have a high efficiency at 
micro-Watt level. 
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 Three types of DC-DC converter are mainly implemented: linear 
regulation, switching capacitor and switching inductor (Endoh et al., 2001; Van 
Breussegem et al., 2010; Yamadaya et al., 2007). The linear regulation converter 
has a limited efficiency less than the ratio of output voltage to input voltage. In 
addition, it can only step-down the voltage. In other words, the output of linear 
regulation is less than its input, which limits its use in the MFC. The switching 
capacitor converter exhibits high conversion efficiency at high conversion ratio 
but has less efficiency than the switching inductor converter when the conversion 
ratio is less than 3 (Seeman et al., 2008). Besides, it involves multiple switches 
operating above 1 MHz range, which leads high switching loss. Thus, switching 
inductor converter is adopted in our design, as it is capable of boosting the input 
DC from the MFC and has relative high conversion efficiency. 
 Still, designing high conversion efficiency switching inductor DC-DC 
converter consuming a few µWs imposes many challenges. Most commercial or 
in-research switching inductor DC-DC converters mark less than 40 % in 
efficiency at micro-Watt level (Texas Instruments, Inc.; Paing et al., 2008). 
Carlson et al, reported 40-70% efficiency at an output voltage of 1 V (Carlson et 
al., 2010); however, the dead-time control adopted in the design limited the 
converter input voltage to be less than 0.24 V. Consequently, such a design 
could not be useful for the MFC. 
 In this dissertation, the challenges of high conversion efficiency converter 
at micro-watts level are addressed and implemented. First, the parasitic 
capacitance of the inductor is incorporated unlike ignored in other switching 
inductor designs (Liu et al., 2012; Deng et al., 2005). High efficiency converters 
at micro-watts level prefer large inductance. As a result, parasitic capacitance 
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has significant impact on the sizing of the switching transistor. Second, inductor 
peak current is limited by oscillator based control, which results in multiple pulses 
in one switching period. Such behavior has profound implications on output 
voltage ripple and limits the maximum inductance value. Finally, a high efficiency 
converter at approximately 10 µW load is implemented and coupled with the 
MFC for experimental verification. 
 MFC is an electrochemical device that converts chemical energy of 
organic substrates into electricity through the catabolism of exoelectrogen such 
as Geobacter sp. (Figure 1). Geobacter oxidizes organic substrates (e.g. 
Acetate) to produce electrons, protons, and CO2. The oxidization process could 
be represented by: 
ܥܪଷܥܱܱି ൅ 2ܪଶܱ → 2ܥܱଶ ൅ 8݁ି ൅ 7ܪା  (1) 
Electrons are transferred to the anode via conductive nanowires produced by 
Geobacter and travel to the cathode where they are reduced by electron 
acceptors such as O2 and ferricyanide ([Fe(CN)6]3-). 
ܱଶ ൅ 4݁ି ൅ 4ܪା → 2ܪଶܱ  (2) 
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Figure 1: Schematic of Microbial Fuel Cell (MFC). Organic substrates (i.e., 
acetate) are oxidized by exoelectrogen with electrons release and transfer to the 
anode. The electrons travel through an external load to be reduced at the 
cathode by oxidant. 
 
Figure 2: Electrical model of MFC: a current controlled voltage source  
 A MFC could be modeled as a current controlled voltage source with an 
internal resistance as in Figure 2 (Njoya et al., 2009; Zeng et al., 2010). Rin is the 
internal resistance, which is a function of type of exoelectrogen, electrolyte, 
electrode and membrane conductivity. Depending on the fabrication process and 
materials used for the MFC, Rin is typically in the range of 1-10 kΩ. The voltage 
source, V, is the open circuit voltage of MFC and is determined by various factors 
including chemical concentrations around the electrodes and parameters related 
to the electro-chemical reactions. In the model, the control signal is the output 
current imfc of MFC. The control current passes through a first order feedback 
system to vary the output voltage of MFC. As in the figure, K is a scaling factor. 
Td characterizes the time that MFC needs to stabilize its output when step load 
signal is applied. The time constant of the feedback is typically in the order of 1’s-
10's mHz. In addition, the output of MFC is typically connected with a large 
capacitor for converter start-up. Thus, 100’s kHz small variation from MFC load is 
greatly attenuated and its feedback signal is negligible. In this case, MFC could 
be considered as an ideal voltage source with an internal resistor. 
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Figure 3: Output voltage and current profile for a typical miniaturized MFC. The 
MFC has open circuit voltage of approximately 0.7V and has a maximum power 
about 17µW. 
 An exemplar output voltage and current of a miniaturized MFC is plotted 
in Figure 3. The open circuit voltage of MFC is around 0.7V. The output voltage 
keeps decreasing as the output current increases. The maximum power of MFC 
is 10-20µW.  
 
1.2 Passive and Wireless Coupling 
Though sensing system could be powered via wired connections from various 
power sources as described by Section 1.1, wireless power harvesting is useful 
for many applications where a wired solution is impractical or extremely difficult 
to implement. Wireless sensing system can be categorized as active or passive 
sensing configuration depending upon the use of battery. An active configuration 
is expected to have better performance as it typically has ample power supply 
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from a battery. However, the lifetime and reliability, sometimes footprint of the 
wireless system, are compromised by the use of battery. Some applications 
require sensing systems to be exposed to harsh environments so that it may be 
impractical to have a battery in the system. Passive sensing addresses 
aforementioned limitations and passive wireless sensing is widely adopted in 
object tracking, environmental monitoring, and implantable/injectable in-vivo 
sensing, etc. (Zhang et al., 2006; Jia et al., 2009; Schwerdt et al., 2010). 
 Inductive and electromagnetic (EM) couplings are the most widely used 
techniques for passive and wireless sensing systems derived from RFID 
technology (Finkenzeller, 2003). They are alternatively known as near- and far-
field coupling, respectively, based on their working distance. However, lossy 
media such as water and tissue fluid could be common environments for passive 
wireless sensing and will greatly reduce the working distance. It is useful to study 
performance trade-offs to help to choose a proper coupling configuration for 
specific applications. 
 In this dissertation, inductive and EM couplings are compared side by 
side in the wafer cleanliness monitoring application. Wafer rinsing consumes 
more than 80% of the expensive de-ionized (DI) water used in semiconductor 
fabrication plants (Kempka et al., 1995). Currently, the rinsing process is 
characterized ex-situ by measuring resistivity at the outlet of the rinse tank 
(Christenson, 1997; Kashkoush et al., 1995) and results in overuse of DI water. 
This motivates our research. To save DI water and develop effective rinsing 
recipes, we monitor wafer cleanliness in-situ and in real time using a wireless 
and passive on-wafer monitoring unit that contains a MEMS (Micro-Electro-
Mechanical-Systems) resistivity sensor. We fabricated and compared 
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performance of two on-wafer monitoring units, based on inductive and EM 
couplings, respectively. The comparison parameters were power, converted DC, 
signal to noise ratio (SNR) and their behaviors with working distance.  
 (a) 
 (b) 
Figure 4: (a) Schematic of inductive coupling, and (b) Schematic of 
electromagnetic (EM) coupling 
 The schematic of inductive coupling is illustrated in Figure 4(a). The 
coupling system consists of two parts: an interrogator and a transponder. The 
interrogator sends power and receives the reflected signal back from the 
transponder. Since the interrogator is typically placed outside a rinsing tank and 
has more design freedom, our discussion will focus on the design of transponder, 
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which locates inside the tank and is in a form of a wafer not to disturb fluid 
dynamics of the rinsing process. The transponder absorbs the power from the 
interrogator and transmits the measured signal from a MEMS resistivity sensor 
back to the interrogator via inductive coupling. The transponder consists of a 
matching capacitor C2, load modulation components (C3 and switch), a rectifier, a 
voltage regulator, a local oscillator and the MEMS sensor. All necessary power to 
supply the transponder is coupled from the external interrogator via inductive 
coupling at 13.56 MHz, which is a widely used ISM (Industrial, Scientific and 
Medical) band for inductive coupling (Finkenzeller, 2003). When the carrier 
power is received through the coupling inductor L2, the rectifier converts the RF 
into DC output. The DC output is fed to a voltage regulator, which powers a local 
oscillator and a switch for load modulation. The oscillation frequency has a finite 
sensitivity to the DC supply as the charging and discharging current varies with 
its DC supply. The voltage regulator stabilizes the DC and thus reduces the 
frequency-to-distance dependency. The oscillation frequency is designed to be a 
function of the impedance of the MEMS sensor, which measures ionic 
concentration inside the micro-features formed by the two sensor electrodes. The 
oscillator controls a switch that modulates the input impedance of the 
transponder. By modulating the impedance, the oscillator output is mixed to the 
carrier and coupled back to the interrogator, where the transponder oscillator 
frequency is restored and mapped to the ionic concentration. The transponder is 
required to maintain a wafer form factor to avoid disturbing the exiting fluidic 
dynamics during the rinsing process; thus the size of the transponder inductor 
needs to fit the wafer (4-in in diameter).  
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 EM coupling system is depicted in Figure 4(b). Instead of coupling via 
inductors, the EM coupling system uses antennas for power and signal transfers. 
The schematic of the EM coupling is very similar to that of the inductive coupling, 
except coupling components. Obviously, as the carrier frequencies are different, 
the matching networks and the modulation capacitors need to be designed 
accordingly for the EM coupling. The EM coupling system operates at 433 MHz 
to minimize propagation loss in a liquid environment since the propagation loss of 
EM wave in liquid is a strong function of the operating frequency. Energy 
received by the antenna on the transponder wafer is inversely proportional to 
frequency square due to energy spreading (Nikitin et al., 2006). Moreover, at a 
high frequency, propagation media, such as water, absorbs more EM energy; 
thus lower frequency offers better EM coupling. Consequently, we chose 433 
MHz for EM coupling, which is also practical for implementing transponder 
antenna on a 4-inch wafer. 
 
1.3 Supply Tuning for FBAR Biosensor 
In addition to powering sensing system as discussed in section 1.2, the power 
supply could also be used to improve the system performance in sensing 
applications. 
 Microfabricated FBARs have wide applications in wireless communication 
and biological / chemical sensing. FBARs feature a piezoelectric layer such as 
ZnO or AlN which is sandwiched by two electrodes. Quality factor (Q) of FBAR at 
its resonances ranges from a few hundreds to a few thousands, much high than 
a traditional LC resonator which only has Q of less than 100 (Pang et al., 2005; 
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Dauphinee et al., 2007; Ruby et al., 2007). There are other types of high quality 
factor resonators, e.g. ceramic resonator, dielectric resonator, surface acoustic 
wave (SAW) resonator (Rohde et al., 2005; Cohn, 1968; Podcameni et al., 1985; 
Fujii et al., 2005); however, ceramic and dielectric resonators are bulky in size 
and SAW resonator has limited power handling capacity and is fabricated on a 
non-silicon substrate. Furthermore, these high Q resonators are difficult to be 
integrated with IC (Integrated Circuits) (Khanna et al., 2003; Pang et al., 2008). 
FBAR is attractive, attributed to its small size, high quality factor and easiness of 
integration, and has been used in oscillators for many applications including 
clock reference, VCO (voltage controlled oscillator) and sensors (Aberg et al., 
2007; Ostman et al., 2006; Xu et al., 2009; Gabl et al., 2003). 
 Most applications require the frequency of an oscillator must be stable 
over a wide temperature change: e.g. communication system has a strict 
temperature stability requirement for local oscillators, less than 1 ppm/K (Yu et 
al., 2005). However, this requirement is very challenging for FBAR-based 
oscillators due to the large temperature sensitivity of a microfabricated FBAR. 
Prior art reports that the resonant frequency of FBAR has a temperature 
coefficient of -25 ~ -60 ppm/K (Bjurstrom et al., 2006), which could introduce an 
oscillation frequency shift of the FBAR-based oscillator in the similar order. To 
compensate the temperature effect, various techniques have been introduced. 
Most have adopted a varactor, whose capacitance varies with controlling voltage 
(Pinkett et al., 2001). However, when an additional component is added, the 
oscillator performance degrades and the additional component may require 
extensive fabrication processes. Passive compensation technique has been also 
introduced (Pang et al., 2008). The passive technique remedies the temperature 
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coefficient of the resonator by adding a material with an opposite temperature 
coefficient such as SiO2. The technique is simple yet powerful; however the 
additional material introduces loss and lowers the Q of the resonator, e.g. over 
50% (Pang et al., 2008), consequently degrades oscillator performance. 
Therefore, a technique that can tune the oscillation frequency without additional 
material or component is desired.  Such a technique is demonstrated by Pang et 
al. who adjusted DC bias across the FBAR to tune the resonant frequency and 
compensate the temperature effect. However, the frequency tunability is limited 
to the order of approximately -10 ~ -100 ppm/V (Kim et al., 2005; Pang et al., 
2004), which can hardly compensate temperature effect in a wide temperature 
range. 
 The sandwich structure of micromachined FBAR is illustrated in Figure 
5(a). The FBAR is placed on a diaphragm or a beam to minimize acoustic energy 
loss to the substrate. To excite the FBAR, one can apply high frequency electric 
field between the electrodes; then, acoustic wave is generated and propagates 
along the thickness direction through the piezoelectric layer. The wave is 
reflected and confined within the two FBAR/air interfaces by large acoustic 
impedance mismatch between the FBAR and air. 
 FBAR could be modeled by the Modified Butterworth-Van Dyke (MBVD) 
equivalent circuit (Figure 5(b)) (Larson, III, et al., 2000): Rs is the wire resistance, 
R0 is the dielectric material loss, C0 is the capacitance between the top and 
bottom electrodes, Rm, Lm and Cm are parameters related to the vibratory 
movement of FBAR. R0, C0, Rm, Lm and Cm can be calculated by (Rosenbaum 
1988): 
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where εr is the relative permittivity, A is the electrode area, d is the distance 
between electrodes, kt is the coupling constant, η is the viscosity, ρ is the mass 
density, va is the acoustic velocity, Rp is the resistance of piezoelectric material, f 
is the working frequency, σe is the effective conductivity at high frequency, fs and 
fp are the series and parallel resonant frequencies, respectively. 
 
(a) 
(b) 
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(c) 
Figure 5: (a) Schematic of a micromachined FBAR, (b) Modified BVD model of 
the FBAR, and (c) FBAR-based oscillator schematic 
 
Rm, Lm and Cm, in the MBVD model form the series resonance branch. At 
frequency above the series resonance, the branch becomes inductive and forms 
a parallel resonance with the capacitive branch consisting of C0 and R0. At 
frequencies between the two resonances, FBAR is inductive and has high Q. 
Thus, FBAR has been adopted as a high Q inductor in oscillators such as Pierce 
oscillator. The schematic of a FBAR-based Pierce oscillator is shown in Figure 
5(c). The transistor in the oscillator is in positive feedback configuration and 
sustains the energy for the oscillation. R1, R2, R3, R4 and C3 form the biasing 
network for the transistor. L is a RF choke that suppresses high frequency 
signals back to the power supply. The loop of C1, C2 and FBAR determines the 
oscillation frequency.  
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Chapter 2 
HIGH EFFICIENCY DC-DC CONVERTER FOR MFC 
2.1 Converter Topology 
Various topologies of switching inductor converters have been reported. The 
control loop of the converter could be implemented in either digital or analog 
domain (Sahu et al., 2004; Trescases et al., 2011). Digital control benefits from 
control flexibility and scaling with technology, yet it is power hungry (Lukic et al., 
2007), motivating us to implement an analog control loop. Depending on how the 
signal feedback is realized in the control loop, two modes of converter exist: 
current or voltage mode converters (Cheung et al., 2004; Wong et al., 2009). 
Current mode converter has faster response at the expense of extra power 
budget for the current sensing circuit, driving us to adopt voltage mode converter. 
The converter can work in the DCM (Discontinuous Conduction Mode) or CCM 
(Continuous Conduction Mode), depending on if the current of the inductor 
decreases to zero during the switching period. Besides, control loop regulates 
the converter in different ways. PWM (Pulse Width Modulation) changes the duty 
cycle of the switching signal to vary output voltage while PFM (Pulse Frequency 
Modulation) changes the switching frequency to achieve the same goal. 
Continuous PWM is known to have high efficiency at high load range and PFM in 
DCM has relatively high efficiency at light load range (Kudva et al., 2011; 
Bandyopadhyay et al., 2011; Xiao et al., 2004). As a consequence, we adopt the 
PFM principles in our design. PSM (Pulse Skip Modulation)/ DSM (Dithering Skip 
Modulation) (Huang et al., 2007) are to bridge between PFM and PWM in the 
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medium load range. However, these are not the best choices at a power level of 
10's µW. 
 
Figure 6: The schematic of the proposed DC-DC converter working in PFM 
model. On-chip power is managed by power switching. Adaptive dead-time 
control is achieved by CCR. Inductor switching is controlled by output feedback  
 The schematic of the proposed DC-DC converter in PFM mode in 
depicted in Figure 6. When M1 switch is turned on, MFC charges the inductor L to 
its maximum current. When M1 is turned off, the current stored in the inductor L 
passes through the CMOS Control Rectifier (CCR) and charges the output load. 
When all the inductor current is less or equal to zero, output voltage Vout is 
greater than Vs. The current path from output to inductor is then blocked by the 
CCR to avoid any energy loss from the output to ground through the body diodes 
of M1. As a result of such switching events, the output voltage increases and 
maintains at a stable value as the control loop tunes the equivalent frequency of 
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the switching. During the start-up, the control loop of the converter is powered by 
MFC directly. When the output voltage of the converter is greater than that of the 
MFC, the control loop is powered from converter output. Such a switching event 
is automatically managed by the on-chip supply switching module. 
 
Figure 7: Inductor current profile of the proposed DC-DC converter. Comparator 
delay causes multiple pulses in the same switching period 
 At the beginning of each cycle, the comparator turns on the NOR gate to 
let the on-chip oscillator control the NMOS switch (M1). When the output voltage 
is less than the reference, NMOS switch is turned on and the current passing 
through the inductor keeps increasing up to 
1
max 2
in in
osc
DV VI
Lf Lf
    (4) 
where 
1
1
2 osc
D
Tf
   (5) 
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D1 is the ratio of time that NMOS is on to the switching period 1/f (T) (Figure 7). 
After 1/2fosc (Tosc/2), NMOS switch is turned off by the oscillator. At the same 
time, PMOS switch (M2) in the CCR is turned on for D2T.  D2 is the ratio of time 
that PMOS on to the switching period. The inductor current passes though the 
PMOS switch and charges Cload and Rload. The PMOS switch has a comparator to 
achieve automatic control of its on-off status and forms CCR, which addresses 
the dead-time issues and behaves like a synchronous diode. When the PMOS 
switch is on, the inductor current keeps decreasing. When inductor current is 
zero, CCR turns the PMOS switch off and prevents the output from charging the 
inductor. The time it takes for inductor decreasing from Imax to 0 satisfy: 
2
max
( )out inD V VI
Lf
   (6) 
Thus from Eq. (4) and (6), we have 
1
2
in
out in
DVD
V V
    (7) 
Due to the delay of comparator, the switching event keeps for the next N times 
as shown in Figure 7.  
 At the steady state, the average current passing through inductor should 
be equal to the current passing through Rload plus Ictrl that supplies the control 
circuit. If we assume Ictrl is much smaller than the load current Iavg or the efficiency 
of the converter is high, we have 
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 max 1 2
2
1
2
2
1 1
2 8
out out
ctrl avg
load load
in in in in
out in osc out in
I D D NV VI I
R R
D V N V V N V
Lf V V LTf V V
   
             
 (8) 
 In our design, the maximum inductor current is limited by the oscillator 
frequency. Such a limiting mechanism benefits from low power (<0.1µW) and 
involves no additional current sensing loop so that no design effort is required to 
maintain the stability of the current loop. 
 
A. Converter Efficiency 
 The energy loss associated with the converter inductor comes from the 
inductor conduction loss (PL,R) due to parasitic series resistor and inductor 
switching loss associated with the parasitic capacitance (PL,C): 
   
 
2
21 2
, , 1
2
2
2
3 2
4 81
3 2
1
in
L L R L C p in out osc
osc
avg osc avg oscin
p in out osc
osc in in
in
out in
D D N VP P P L C V V f D N
f L
I Lf I LfV L C V V f
f L V VV
V V


        
          
 (9) 
where Cp is the parallel parasitic capacitance of the inductor and α is a constant 
to determine the series resistance of the inductor under the assumption that 
series resistance is proportional to the square root of the inductance, since the 
quality factor (Q) and parasitic capacitance of discrete inductor almost remain 
constant for different inductance values. 
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 There is also loss from the NMOS and PMOS switch. For simplicity, we 
assume both NMOS and PMOS consume the same amount of power. 
 For the switch, the loss consists of conduction loss and switching loss:
 
 
 
2
1 2 2
1
2
2
1 2
3 2
4 81 1
3 2
1
in
NMOS cond sw ox out osc
osc out th
avg osc avg oscin
ox out osc
osc out th in in
in
out in
D D NVP P P C WLV f D N
f L W L V V
I Lf I LfV C WLV f
f L W L V V V VV
V V


       
          
(10) 
where Cox, β, Vth are device parameters associated with technology. W and L are 
the width and length of the NMOS switch. 
 In addition, biasing circuit, reference, oscillator, comparator, body diodes, 
etc. consume a finite amount of power. These circuits are either biased in sub-
threshold region or current limited. Their combined power consumption is 
approximately 1µW, which is ignored in the analysis for simplicity. 
 Consequently, the total power loss is 
2loss L NMOS PMOS L NMOSP P P P P P      (11) 
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 (a) 
 (b) 
Figure 8: Optimizing oscillator frequency and inductor for high efficiency DC-DC 
converter with 10μW load when the power switch is sized as: (a) W/L=500 and 
(b) W/L=5000 
 From Eq. (9)-(11), the total converter power loss is plotted with a 10μW 
load at 0.9 V for NMOS switch with sizes of W/L = 500 and 5000 in Figure 8. 
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Large inductor is suggested in the figure to achieve high efficiency, which also 
dominates the dynamic loss of the converter. The sizes of the transistor switch 
should be determined to ensure transistor parasitic gate/drain capacitance is 
insignificant to inductor Cp and its turned-on resistance is insignificant to inductor 
series resistance (RL). As a result, W/L (L = 0.18m) should be 500-50,000. 
When W/L is greater than 5000, the transistor loss is dominated by the switching 
loss, which is sensitive to the output voltage as shown in Eq. (9)-(10). Thus, W/L 
= 500 is used in the design. Moreover, the efficiency shows less sensitivity to 
oscillator frequency for W/L=500. 
 Finally, the converter efficiency could be calculated as: 
2
out avg
L NMOS out avg
V I
P P V I
     (12) 
 
B. Stability of the Converter 
One of the advantages of the proposed DC-DC converter is its stability. 
Considering each switching cycle, the energy variation satisfies: 
load loadin L C R
E E E E         (13) 
where the energy variations are defined as the difference of the energies at 
(n+1)T and nT, ∆Ein is the input energy variation. ∆EL is the energy variation on 
the inductor, which is zero for each cycle due to the DCM operation. 
loadC
E and 
loadR
E are the energy variation on the load capacitor and resistor, respectively. 
Following similar derivation (Ferdowsi et al., 2005), the energy on the load 
capacitor has the form of: 
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  ,, 1
1
1
loadload C nT inC n T
load load
E ME ET
R C
   
  (14) 
where  
1
1
1
load load
load load
T
R CM T
R C

 

. (15) 
Since, ∆Ein is bounded and M < 1, the system is always stable.  
 
C. Output Ripple 
A single pulse current from the inductor charges the output load capacitor and 
resistor, which results in a voltage increment ∆v on the converter output voltage. 
Solving differential equations, the voltage increment caused by single pulse is 
sgl sglv v v        (16)
   2
2
1exp 1
2 2
load in load load
sgl out out in
osc
in load in
out in load load osc osc
R V R Cv V V V
Lf L
V R V
V V R C f Lf

       
         

 (17) 
 
1 11 exp
2
in
sgl out eqconv
load load osc out in osc
Vv V V
R C f V V f
                 
(18) 
where, Veqconv is the equivalent  voltage drop on the Cload to supply the DC-DC 
converter during the single pulse charge event. Thus, N pulses cause the output 
varied by: 
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v N v     (19) 
 When there is no pulse current present, the output resistor discharges 
Cload in the rest of the switch period (T) and the output voltage decreases by: 
out
load load osc
V Nv T
R C f
      
  (20) 
 Finally, the voltage ripple could be determined as 
,out rpplv v v       (21) 
 Clearly, large inductor, high oscillator frequency and large load capacitor 
help to reduce the ripple. Choices of inductance and oscillator frequency are 
limited by efficiency and maximum power requirement. Thus, in our design, large 
load capacitor is utilized to suppress the ripple to 10’s mV level. 
 
D. Maximum power 
 Though large inductor increases the efficiency and reduces the output 
voltage ripple, the maximum inductance value is limited by the maximum power 
that converter needs to handle. Increasing the inductance of the converter 
reduces the voltage increment (∆v) in a single charge event as demonstrated in 
Eq. (16)-(18). For a maximum power or minimum Rload the converter needs to 
drive, there exists an inductance value that makes the voltage increment (∆v) 
equal to zero. Such a value is the maximum inductance value for the converter 
when a specific maximum power is required at a specific DC output. 
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2.2 Circuit Implementation 
A. Power stage 
From simulation, Veqconv is estimated to be 1.5mV. For a maximum power of 
10µW and a voltage output of 0.9V, the maximum inductance is about 5mH. In 
our design, a 4.7mH inductor is used to meet the power requirement and achieve 
high efficiency. The voltage ripple is suppressed to 1-10mV level by adopting 100 
nF capacitor as in Eq. (16)-(21). MFC has an open circuit voltage of 
approximately 0.7V. However, when loaded, the output voltage of MFC 
decreases as plotted in Figure 2. As a result, an input capacitor at the converter 
is necessary to start the converter and should be big enough to store enough 
initial energy. From the simulation, the converter consumes 1mW for 200-300µs. 
Thus, the start-up capacitor should be 100-1000 times larger than the converter 
load capacitor. In our simulation and experiment, a 100 µF is demonstrated to be 
enough for the converter to work at 0.9V. 
 
B. CMOS Control Rectifier 
CMOS Control Rectifier (CCR) was proposed to provide adaptive dead-time 
control (Man et al., 2006). It switches the PMOS M2 on, when the inductor is fully 
charged. It also turns the M2 off when the current of the inductor approaches 
zero. Such an adaptive control is provided by comparing the voltages on the two 
terminals of the CCR. 
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Figure 9: Schematic of CCR (CMOS Control Rectifier). Comparison of Vs and Vout 
is achieved through coupled current mirrors. If Vs>Vout, M2 is turned on. 
Otherwise, M2 is turned off. 
 The schematic of the CCR used in our design is shown in Figure 9. The 
voltage difference is converted as current difference by the current mirror pairs 
M3/M4 and M5/M7. Through the coupled current mirrors, the source of M8 
preserves the relation between Vs and Vout. Thus, the drain of M10 is pulled up or 
pulled down and drives the PMOS switch M2 through an inverter U1. The inverter 
U1 includes an NMOS current limiting device to limit the current flow during the 
switching event, which ensures the low power operation. In the design, the 
sources of PMOS transistors in the current mirrors are used to sense the voltage 
difference between Vs and Vout. This addresses a challenge of wide range 
common mode in our application, which is difficult to tackle for conventional gate-
sensing comparator design. The capacitor Cc provides hysteresis to prevent 
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unwanted noise switching the transistors. It also helps to stabilize the DC 
operation of the CCR through feedback. 
 
C. Low power oscillator 
The oscillator needs to have low power. As a result, a 3-stage inverter chain 
oscillator with current limiting is used in our design (Figure 10). At both the pull-
up and pull-down sides, current limiting devices limit the charging and 
discharging current to sub-100nA range. The parasitic load capacitor at each 
stage is in the order of 10fF. Assuming a swing of about 1V, the oscillation 
frequency is 100's kHz depending on the biasing. The biasing of the current 
limiting devices comes from a constant-gm current biasing circuit, where all the 
transistors are biased in sub-threshold range to provide reference current from 
sub-100 nA to 100's nA. The biasing circuit provides the biasing to the rest of the 
converter with pbias and nbias as indicated in the schematics. 
 The oscillator is fairly low power. Considering even an oscillator 
frequency of 1MHz with 1.2V swing, the power consumption of the oscillator is in 
the order of  23 10 1.2 1stage fF V MHz   , which is less than 0.1µW. 
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Figure 10: Low power oscillator at 100's kHz. 3-stage inverter chain with current 
limiting and biasing from constant-gm circuit 
 
D. Low power comparator 
The comparator adopts a common topology. It consists of a pre-amplification 
stage (M41-M45), regeneration stage (M46-M52), and a final amplification (M53-M57) 
stage as shown in Figure 11. The final output is also inverted to provide the 
correct logic function to control the loop, i.e. when the In+ (scaled version of Vout 
by output resistor divider) is smaller than the In- (reference value), the 
comparator outputs logic high. 
 The pre-amplification, final amplification stage and inverter stage are 
current limited to guarantee low power. Notice there is no current limiting device 
on the regeneration stage, since the current in the regeneration stage is already 
regulated by the gate voltages on transistor M43 and M44. Such features make the 
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comparator a very low power design, which consumes less than 100nW from 
simulations. 
 In the regeneration stage, the cross-coupled PMOS transistors (M47-M50) 
provide fast regeneration to minimize the comparator delay. From the simulation, 
with a 3mV differential input, the comparator takes 5µs to resolve the value to the 
rail. 
 
Figure 11: Low power comparator schematic with 3 stages: pre-amplification, 
regeneration and final-amplification 
 
E. Start-up and Supply Switching 
As discussed early, the miniaturized MFC has open circuit voltage approximately 
0.7V and the initial energy at this voltage is temporarily stored in a large start-up 
capacitor. MFC and the start-up capacitor power the control circuit when the 
converter is connected at first. As the circuit loads MFC, MFC output voltage 
starts to decrease. At the same time, the output voltage of the converter keeps 
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increasing. When the converter output is greater than that of the MFC, the control 
circuit is cut off from MFC/start-up capacitor and is supplied by the converter 
output. The supply switching happens. 
 An automatic switching circuit is designed as shown in Figure 12 to 
facilitate the transition of power supply from MFC/start-up capacitor to the 
converter output. The circuit consists of a comparator and a 2-to-1 switch. The 
comparator controls the switch (M38-M40) based on the relation of MFC voltage 
and the output voltage of the converter. The transistor M34 and M37 are skewed to 
make sure the transition happens when the output voltage is slightly higher than 
the MFC voltage. M38 and M39 are stacked in series to limit the leakage between 
Vin (MFC) and Vout (the output of the converter). 
 
Figure 12: On-chip power supply switching schematic. Vin and Vout are compared 
to control the 2-to-1 switch formed by M38-M40 
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2.3 Measurement and Results 
A die photo of fabricated DC-DC converter is shown in Figure 13. The converter 
is fabricated by mixed-mode/RF UMC 0.18µm technology. It occupies an area of 
830µm x 500µm. 
 The fabricated converter is tested with a miniaturized MFC produced by 
our lab and a 640 kΩ load resistor. As shown in Figure 14, the NMOS driving 
signal controls the switching events of the converter. The oscillator frequency is 
about 310 kHz, slight off from its optimum frequency. The DCM switching has a 
cycle time of about 16.8 µs. A triangular DCM profile is observed for the inductor 
current. The inductor current is recorded by measuring the voltage across an 800 
Ω resistor in series with the inductor. Notice such a large resistor consumes a 
few µWs. Thus, it is removed when the converter is tested for efficiency. The 
peak current of the inductor is approximately 100 µA, which is closed to the 
expected value (135 µA) from Eq. (4)-(6). 
 The converter is stable during all the experiments. From the waveforms of 
the working converter, the output ripple is approximately 50 mV. 
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Figure 13: Die photo of the DC-DC converter, fabricated by Mixed-Mode/RF 
UMC 0.18 µm technology 
 
Figure 14: Measured waveform of converter: Output voltage, NMOS driving 
signal and inductor current 
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Figure 15: Measured converter efficiency at 0.9V, 1.05V and 1.2 V for different 
load conditions. The converter has a peak efficiency of 85% with a 9µW load at 
0.9V output 
 The fabricated converter is connected to a miniaturized MFC with a 100 
µF parallel capacitor to test its conversion efficiency. In Figure 15, the measured 
conversion efficiency of the converter is plotted for different load conditions at 0.9 
V, 1.05 V and 1.2 V output. High voltage output tends to degrade the efficiency 
since it requires more charging cycle for the same output power. The converter 
has a peak efficiency of about 85 % with a 9 µW load at 0.9 V output. At light 
load range, the converter loss is dominated by the miscellaneous power loss 
from e.g. biasing circuit, comparator, body diode conduction etc. Consequently, 
the converter efficiency increases with light load, as the miscellaneous loss 
becomes smaller portion of the total power. As the load increases, more 
switching events start to add more energy loss and reduce the conversion 
efficiency. 
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(a) 
(b) 
Figure 16: (a) Measured converter efficiency at 25 °C, 45 °C and 65 °C for 
different load conditions, and (b) Output voltage drops as ambient temperature 
increases 
 The MFC converter efficiency is tested at different temperatures: 25 °C, 
45 °C and 65 °C as shown in Figure 16. As temperature increases, the output DC 
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voltage of the converter drops about 3 mV/°C as a result of the temperature 
sensitivity of the reference circuits. In future implementation, a band-gap 
reference could be applied to solve this problem. Though voltage drops with 
temperature, the efficiency of the converter remains about same. The reason is 
twofold. At elevated temperature, leakage and body diode conduction reduces 
the converter efficiency. On the other hand, the output voltage drop helps to 
increases the efficiency.   
Table 1: Comparison of the performance of low power high efficiency converters 
  TPS61220  Paing, et al. Carlson, et al. This work 
Input voltage 
(V) 0.7-5.5 0.135 <0.24 
>0.6 (start-
up) 
Output voltage 
(V) 1.8-5.5 4.15 0.6-1.3 0.9 
Peak efficiency 
at  µW level 40% at 1.2V 37% at 4.15V 64% at 0.9V 85% at 0.9V 
Maximum 
power 100 mW 400 µW 100 µW 10 µW 
Extra battery No Yes Yes No 
  
 The performance of our design is compared with other reported 
converters in Table 1. Carlson, et al. has implemented a converter having 64 % 
efficiency at 0.9 V output with a stringent input voltage limitation. The rest of the 
converter has much less efficiency at micro-Watt level to our knowledge. Our 
design achieves 85 % efficiency at 0.9 V with wide input range and requires no 
external battery for start-up, which makes it suitable to convert MFC voltage. 
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Chapter 3 
WIRELESS POWER HARVESTING AND SENSING 
3.1 System Component Design 
A. Electro-Chemical Residue Sensor  
A brief design of the sensor is described in this section while details are 
discussed in our prior publications (Yan et al., 2004; Yan et al., 2009). The 
sensor measures the resistivity inside high aspect ratio micro-features. The 
equivalent circuit of the sensor is illustrated in Figure 17(a), including parasitic 
elements (Yan et al., 2004; He et al., 2005; Jacobs et al., 1995). Rtr is the 
resistance of micro-features between two electrodes. This is the target parameter 
of the sensor and reflects the water resistivity, which is related to the impurity 
concentration. Rct is the charge transfer resistance and Cdl is double layer 
capacitance, both of which are introduced to account for the solid-liquid interface 
chemistry. Cu and Cl are the capacitors formed due to the dielectric layers above 
and below the electrodes, respectively. Rsub, Rel, and Rb are resistances of the 
substrate, electrodes and impurities above the wafer, respectively. Including the 
parasitics, the sensor impedance is expressed as: 
2 2 12 || || 2 ||el b sub ct tr
u l dl
Z R R R R R
j C j C j C  
                      
    (22) 
 Impedance model of the sensor could be developed based on Eq. (22). 
Details in modeling are discussed in (Yan et al., 2004; Yan et al., 2009). The 
frequency characteristics of the sensor impedances for different concentrations, 
could be obtained by applying sensor parameters in equation (1) and plotted in 
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Figure 17(b). Cdl dominates the impedance at low frequency while the impedance 
is dominated by Cu and Cl at high frequency. Only at intermediate frequency is 
the impedance dominated by the solution concentration sensitive term, Rtr. In the 
low frequency range, which is dominated by Cdl, the impedance also varies with 
concentration. The Gouy–Chapman model states that Cdl stems from two layers: 
the Stern layer and the diffusion layer (Timmer et al., 2002). The capacitance of 
Stern layer (Cstern) is independent of concentration while capacitance from 
diffusion layer (Cdiff) varies with solution concentration since the effective 
thickness of the layer, the Debye length, is a function of the concentration. 
However, the sensitivity of Cdl to the impurity concentration is smaller than that of 
Rtr as illustrated in Figure 17(b), therefore, we chose Rtr as the target sensing 
parameter. 
(a) 
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 (b) 
 (c) 
Figure 17: (a) Parasitics of the MEMS sensor, (b) Sensor impedance with 
frequency, and (c) Interdigitated electrodes to minimize parasitics 
 The sensor is designed to maximize the width of the intermediate 
frequency band where Rtr dominates the impedance. This is achieved by 
increasing Cdl and decreasing Cu and Cl. Decreasing Cu and Cl is limited because 
it is not feasible to deposit a very thick dielectric film. Control of Cdl is more 
feasible as it is proportional to the area of liquid-electrode interface. To increase 
the interface area and thereby increase Cdl, the sensor electrodes are elongated 
in an interdigitated pattern as shown in the SEM (scanning electron micrograph) 
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in Figure 17(c). The optimized sensor has a working frequency range of a few 
hundreds hertz to a few tens of kilohertz. 
(a) 
 (b) 
Figure 18: (a) Oscillator converts sensor impedance to oscillation frequency, and 
(b) Voltage changes of the oscillator 
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B. Oscillator 
The oscillator converts the sensor impedance to the oscillation frequency. As 
shown in Figure 18(a), the oscillator output charges/discharges capacitor C3 
through the sensor. R1, R2 and R3 are biasing resistors and generate a reference 
voltage (Vref) at the non-inverting input of the amplifier. The oscillations of 
voltages are illustrated in Figure 18(b). When the output is high, Vdd, the 
reference voltage is at 2Vdd/3. Then, C3 is charged: 
 3 21 3 tC ddV t V e 
          (23) 
where τ is the RC time constant resulting from C3 and the impedance of the 
sensor. When C3 is charged to nearly 2Vdd/3, the amplifier output becomes low, 
0V. Then, C3 is discharged through the sensor. During the discharging phase, the 
reference voltage drops to Vdd/3 and voltage of C3 becomes: 
 3 23 tC ddV t V e      (24) 
 When the voltage of C3 approaches Vdd/3, the amplifier output becomes 
high and thus repeats charging and discharging. From (2) and (3), the time tr, for 
C3 to be charged to 2Vdd/3 and the time tf, for C3 to be discharged to Vdd/3 can be 
calculated as: 
ln 2r ft t       (25) 
 Since τ is a function of sensor impedance (Z), the oscillation frequency is 
a function of the sensor impedance, 
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      1 2 1 2 ln 2rf Z t Z      (26) 
 
C. Rectifer  
The rectifier converts RF input power to a DC voltage, which powers the 
oscillator. Most RFID designs have a voltage doubler as a rectifier (Barnett et al., 
2008; Umeda et al., 2006). Voltage doublers can be cascaded to obtain a higher 
DC output. However, the number of the stages directly affects the rectifier 
efficiency and DC output voltage. Generally higher DC output can be achieved by 
increasing the number of stages, yet compromising rectifier efficiency (Vita et al., 
2005). In practice, two to four stages are typically used. In our design, we chose 
a 3-stage rectifier to achieve relatively high efficiency. 
 
3.2 System Design and Comparison 
A. Inductive coupling 
The inductive coupling system could be modeled as a coupling inductor, a series 
capacitor, a series resistor and a complex equivalent impedance of the coupled 
transponder at the interrogator side. Thus, the total impedance seen from the 
interrogator, excluding terminal impedances, is Figure 19(a)): 
0 1 1
1
1
L tZ R j L Zj C
      (27) 
where ω is the working frequency, RL1 is the resistance of L1, C1 is the series 
capacitor that tunes the interrogator’s resonance to 13.56 MHz and Zt is the load 
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impedance from the coupled transponder. The transponder is modeled as an 
inductor loaded by a capacitor and resistor in parallel (Figure 19(b)). The 
capacitor (C) is the total equivalent capacitance in parallel with the transponder 
inductor and the resistor (Rl), including the loss from rectifier and following 
stages. The complex impedance of the transponder at the interrogator could be 
then written as (Finkenzeller, 2003; Zhang et al., 2010): 
2 2
1 2
2 2 1
t
l
L
l
k L LZ RR j L
j RC

 

  
 (28) 
2 2
1 2
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2 2
1 2 1
( ) r rk z
r r z r


 (29) 
where k is the coupling coefficient between the two inductors, RL2 is the 
resistance of L2, r1 and r2 are the side lengths of the two inductors and z is the 
distance between the two inductors. The equations assume the size of 
transponder inductor is much smaller that of the interrogator. If the size of 
transponder inductor is comparable to that of the interrogator, the coupling 
coefficient, k, is less than what Eq. (29) predicts. The voltage coupled to the input 
of rectifier, which is also the voltage across the parallel RC in the Figure 2(b) 
model, could be calculated as: 
 
1 2
2 2
11
rec
L
l
i k L L
u
R j L j C
R

 
      
 (30) 
 The coupled power at the input of rectifier is: 
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RC
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Z
  (31) 
21 R
2ind RC
P i  (32) 
where ZRC and RRC are the impedance and the real part of the impedance of the 
parallel RC. The coupling coefficient k is sensitive to the working distance. 
Hence, the coupled power is a function of the working distance.  
 SNR also limits the working distance. The desired signal is measured 
across the interrogator inductor (u1 in Figure 19(b)), whose amplitude and phase 
change at a frequency following that of the transponder oscillator due to on/off of 
the modulation switch: 
 1 1 ,1on L t onu i R j L Z    (33) 
 1 1 ,1off L t offu i R j L Z    (34) 
1 1on offu u u     (35) 
       where u1on and u1off are the complex voltage amplitude when the switch is 
on and off, respectively. The amplitude of ∆u, the difference between u1on and 
u1off, should be designed to be maximized for high SNR and a long working 
distance. 
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(a) 
(b) 
Figure 19: (a) Equivalent circuit of inductive coupling at the interrogator side, and 
(b) Equivalent circuit with detailed modeling of transponder 
 
B. Electromagnetic coupling 
Most component-level designs of EM coupling are similar to those of the 
inductive coupling, except the designs of antenna and matching network. The 
matching network could be implemented by a standard LC matching. To design 
the LC matching network, the impedance of the transponder circuit without 
antenna needs to be first measured. Consequently, the LC matching network 
could be synthesized from simulation tools such as Advanced Design Systems. 
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 Designing the transponder antenna, on the other hand, is critical in the 
EM coupling system. Typical dipole antenna for 433 MHz has a feature size of up 
to 10’s of centimeters, which unlikely fits inside a 4-inch wafer footprint. Hence, 
we chose an inverted-F type antenna as shown in the Figure 6(b). The inverted-F 
type antenna is intrinsically a monopole that requires only half the size of a dipole 
antenna (Wong, 2003). The radiation arm of the antenna is meandered to further 
reduce the size. The antenna is fed by a coplanar line, allowing a one-layer 
design and reducing the complexity of fabrication. The antenna was fabricated on 
a glass wafer and was covered by a PDMS layer to protect it from chemicals and 
water media. The simulated S11 parameter for the antenna is shown in Figure 20 
and measurements are superimposed. The antenna has a bandwidth (-10 dB) of 
about 100MHz around 433 MHz. The measured center of the band fits the 
simulation well, though measured S11 is slight different from the simulated. The 
discrepancy mainly comes from the fabrication uncertainties and inaccuracy of 
modeling the water tank environment.  
 
Figure 20: Simulated and measured S11 of the inverted-F antenna 
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 The loss of the EM energy includes the loss due to energy spreading. The 
coupled power received by the transponder antenna, excluding the loss of media, 
is estimated by (Balanis, 2005) 
 
2
0 1 2
24
EM
P GGP
R

   (36) 
where P0 is the power transmitted from the carrier source, λ is the wavelength, G1 
and G2 are the gains of the transmitting and receiving antennas, respectively, 
and R is the working distance. When the transponder is immersed in water, the 
loss due to water absorption is no longer negligible. The energy absorbed by 
water is: 
exp( )L R   (37) 
where α is the absorption coefficient of water, which is a function of frequency 
(Diaz et al., 1997). Besides, when the EM wave travels from air to water or water 
to air, reflection loss at the boundary exists. This could be estimated at 
approximately 7 dB, though the reflection loss is a function of frequency 
(Luebbers et al., 1990).  
        In order to analyze SNR for the EM coupling, a modulation model, similar to 
Figure 19(b), could be used. To simplify the analysis, we assume the rectifier 
input is completely matched or mismatched to antenna when the switch is off and 
on, respectively. When the switch is on, energy is emitted from the external 
sending antenna to the transponder antenna and is backscattered from the 
transponder antenna to the external receiving antenna. When the switch is off, 
we ignore the backscatter from transponder antenna since most EM energy is 
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absorbed by the rectifier. Hence we can conclude that the SNR is determined by 
twice the propagation loss. 
 
C. Model comparison 
The maximum working distance for the inductive coupling system is determined 
by the energy coupled to the system and the minimum required power for the 
transponder circuit. Eq. (31)-(32) determine the energy at the input of the rectifier 
and the energy at the output of rectifier could be estimated by Eq. (32) multiplied 
by a conversion efficiency, assumed to be 10% (Yao et al., 2009; Mandal et al., 
2007). Using Eq. (30)-(32), the coupled power at the output of rectifier is plotted 
in Figure 21(a) (solid line). The power decreases slowly at first and then begins 
to drop rapidly at around 10cm. This could be explained by Eq. (29) that coupling 
coefficient is almost constant when the distance is comparably smaller than the 
diameter of interrogator inductor and decreases rapidly when the distance is 
much greater than the diameter. From Figure 21(a), the coupled power at the 
output of rectifier is roughly proportional to the 1/distance6 at a distance of about 
10 cm. Besides, the minimum power to supply the oscillator, switch, regulator is 
estimated to be 4μW (-24 dBm). As a result, the maximum working distance for 
inductive coupling is about 7 cm. On the other hand the EM coupling system 
shows a different trend. The coupled power at the rectifier output could be 
calculated using Eq. (35)-(36) and plotted in Figure 21(a) (dashed line). The 
coupled power for EM coupling exhibits a 1/distance2 behavior and the maximum 
working distance is calculated to be approximately 40 cm. 
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(a) 
(b) 
(c) 
Figure 21: (a) Converted power at the rectifier output vs. distance for both 
configurations, (b) Converted DC at the rectifier output vs. distance for both 
configurations, and (c) SNR vs. distance for both configurations. 
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        Besides power, converted DC voltage from the rectifier should supply 
enough voltage to the electronics, 1.4 V. Among all components, the regulator 
has the most stringent voltage requirement, which requires 1.4 V at its input. For 
a RFID system, meeting the power requirement does not guarantee the voltage 
requirement and vice versa (Barnett et al., 2009). Depending on the design, one 
requirement may be more stringent than the other. For instance, the equivalent 
impedance of the oscillator and the switch of our design is estimated to be about 
200 kΩ. If the minimum voltage requirement is met, the corresponding power is 
about 10 μW, which is much higher than the minimum power requirement, 4 μW. 
Hence, the minimum voltage requirement is more stringent than the power 
requirement in our design. To find the converted DC at the output of rectifier 
(input of regulator), we first calculate the amplitude of AC at the input of rectifier 
from Eq. (30). Then the converted DC could be estimated by multiplying the 
amplitude from Eq. (30) by 8 for the three-stage doubler. Each stage of doubler 
generates DC of twice the amplitude of AC input. The converted DC is calculated 
and plotted in Figure 21(b) (solid line). To calculate the converted DC for EM 
coupling, we find the voltage amplitude at the input of rectifier, which could be 
converted from the coupled power at the input of rectifier, knowing the input 
impedance of rectifier. The coupled power at the input of rectifier could be 
assumed to be the power at the input of the matching network by Eq. (35)-(36) 
including reflection loss, and ignoring the loss of the matching network. The 
impedance at the input of rectifier could be estimated by either measurement or 
simulation. Then, the output DC of rectifier could be calculated by AC amplitude 
multiplied by 8 and is plotted in Figure 21(b) (dashed line). The voltage-distance 
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characteristic of EM coupling roughly follows a 1/distance1.5 while it roughly 
follows a 1/distance2.5 for inductive coupling at 5 cm and above. With the 1.4 V 
requirement, inductive and EM couplings have a maximum working distance of 7 
cm and 25 cm, respectively. 
 SNR also sets a boundary for the working distance. Detected signal 
power for inductive coupling could be calculated by Eq. (32)-(34) and for EM 
coupling it could be calculated by subtracting twice the propagation loss from the 
carrier power based on the discussion in previous section. SNRs of both 
schemes, as a result, could be obtained by subtracting the noise floors from the 
signal powers. The noise floors were measured to be -75 dBm and -105 dBm for 
inductive and EM couplings, respectively. Inductive coupling tends to have higher 
noise floor, as the power input port is directly coupled to the signal receiving port. 
SNR vs. distance for both couplings are shown in Figure 21(c). Inductive 
coupling shows a sharper attenuation than EM coupling. We typically need 10 dB 
SNR to make the signal detectable from the noise floor in our measurements, 
which suggests the maximum working distances for inductive and EM couplings 
are 8 cm and 30 cm, respectively.  
 In summary, working distance of both inductive and EM couplings are 
limited by power, converted DC voltage and SNR, which show different 
characteristic curves with working distance. Obviously, to achieve a longer 
working distance, the dominant parameter should be optimized. 
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3.3 Results and Discussions 
The MEMS sensor has interdigitated electrodes made of aluminum, which are 
then covered with an evaporated SiO2 layer. The sensor measures the resistivity 
of water between the two aluminum electrodes, which reflects the ionic 
concentration inside micro-features. The fabricated MEMS sensor and its 
schematic are shown in Figure 22. Detail characteristics of the MEMS sensor 
have been reported (Zhang et al., 2010). The transponder inductor, antenna, 
routing layers and pads were made of Cu and electroplated on a glass wafer to 
lower conduction loss and increase robustness for subsequent soldering 
process. After forming the electroplated layers, discrete components were 
assembled on the pads. Finally, a 1 mm-thick PDMS layer covered all the 
surfaces of the wafer except the sensor to protect and isolate the transponder 
from water. Fabricated wafer-form inductive and EM coupling systems are shown 
in Figure 23(a) and (b), respectively. 
(a) 
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(b) 
Figure 22: (a) Fabricated MEMS sensor, and (b) Schematic of the MEMS sensor 
 
(a) 
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(b) 
Figure 23: The fabricated passive wireless monitoring wafer: (a) inductive 
coupling, and (b) EM coupling 
 Both wireless systems were characterized by dipping the transponders in 
a set of controlled solutions. An example spectrum of the detected signal, 
measured by a signal source analyzer (Agilent E5052A), is shown in Figure 
24(a). The frequency of the oscillator, f(Z), is the difference between the carrier 
and the first sideband peak. Figure 24(b) shows the wirelessly measured 
oscillating frequency as the solution concentration changes from 20 ppb to 600 
ppb with measurement errors (uncertainty) of less than 1%. 
(a) 
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(b) 
Figure 24: (a) Exemplar spectrum of detected signal, and (b) Characterization of 
the two monitoring wafers 
 DC voltage at the output of rectifier and SNR of the detected signal were 
measured with different working distances for both couplings. To exclude the 
mismatch of the MEMS sensor, the sensor was disabled and a 200 kΩ resistor 
parallel to the sensor was used instead. The schematics of measurement setups 
are shown in Figure 25(a) and (b). For inductive coupling, signal generator and 
signal source analyzer were used to generate carriers and analyze received 
signals, respectively. The interrogator inductor was placed at the bottom of the 
water tank. The on-wafer transponder was immersed in water, aligned carefully 
to the interrogator inductor to ensure good coupling. A ruler was placed near the 
transponder to measure the distance from the transponder to the interrogator. 
The interrogator was powered with 20 dBm at 13.56 MHz from the signal 
generator. The DC at the output of rectifier was measured from two wires 
soldered to the output of rectifier whereas SNR was read from the signal source 
analyzer. Noise floor of inductive coupling at 20 dBm input was measured to be 
around -75 dBm. For EM coupling, the sending antenna was placed 
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perpendicular to and right above the water surface. The methods to record 
voltage, SNR and distance were similar to those of inductive coupling. Yet, the 
measurement of DC voltage was different. The two soldered wires on the rectifier 
output were twisted together and well-shielded to minimize undesired energy 
absorption. EM coupling was measured with 20 dBm at 433 MHz, the maximum 
input power from the frequency regulation (Finkenzeller, 2003). The noise floor 
was measured to be around -105 dBm. 
(a) 
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(b) 
Figure 25: Schematic of measurement setup for (a) Inductive coupling, and (b) 
EM coupling 
 Figure 26 shows the measured data points (solid-line with data points) 
superimposed with the calculation (dotted line for inductive coupling and dashed 
line for EM coupling) from previous section. The measurements of EM coupling 
agree well with the calculated values. Measurements’ deviating from the 
calculation at a short distance is due to the near field effect. At a distance of 25 
cm, the DC voltage dropped to around 1.4 V and SNR dropped to about 10 dB, 
which marks the maximum working distance for EM coupling system of 25 cm. 
The measurements of inductive coupling followed a similar slope as the 
calculation predicted, though a bit less than the prediction. For inductive 
coupling, we observed that SNR decreased much faster than the DC voltage did 
with distance. As a result, the maximum working distance for some inductive 
coupling systems is dominated by SNR rather than DC voltage, as it did in our 
measurement. SNR set the maximum working distance of our system to be 6 cm. 
There’s also inductive coupling system that the maximum working distance is 
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dominated by DC voltage. However, as the power of interrogator increase, DC 
voltage dominated system could turn into SNR dominated system. For a SNR 
dominated system, it is more effective to maximizing SNR rather than DC 
voltage/power by optimizing matching and modulation capacitors in order to 
achieve longer working distance. Besides, a SNR dominated system has more 
than enough converted DC/power within the working distance. In other words, 
the system has the potential to achieve more complex and power hungry 
functions. On the other hand, the working distance of EM coupling is primarily 
limited by DC voltage/power. Nevertheless, EM coupling system shows much 
better performance on the working distance. We believe it is possible to further 
extend the working distance by optimizing antenna, matching network, 
modulation capacitor and energy efficiency of any component while it is unlikely 
wise to add additional functions that require substantial power since the working 
distance of EM coupling is mainly limited by DC voltage/power. 
 
(a) 
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(b) 
Figure 26: (a) Measured and calculated converted DC at the rectifier output vs. 
distance for both configurations, and (b) Measured and calculated SNR vs. 
distance for both configurations. 
 The inductive coupling scheme shows different working distances in air 
and in water. Theoretically, having water should not reduce the working distance 
since water has a relative permeability of approximately 1. However, the 
measured working distances in air and in water were 11 cm and 6 cm, 
respectively. It is due to the electrical field coupled to the inductor. In near field, 
electrical field decays much faster than magnetic field (Balanis, 2005). When the 
working distance is short, the electrical field induces voltage on the coupled 
inductor. In addition, the inductor can be treated as pairs of parallel straight wires 
(a single loop has two pairs). Wires in each pair have current in the same 
amplitude but in opposite directions. When the size of the transponder inductor is 
small, the distance between the wires in each parallel pair becomes short, thus 
each wire tends to cancel the effect of the other as the total electrical field 
becomes zero. Obviously when a transponder has a size of inductor comparable 
to working distance and the size of the interrogator inductor, the effect of 
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electrical field becomes non-negligible since the wire pairs cannot cancel the 
effect each other. It is possible to estimate the coupled electrical field and 
calculate the induced voltage to be a few volts based on the dipole model 
(Balanis, 2005). This is comparable to what one can obtain from the magnetic 
field coupling. If the transponder is immersed in water, water attenuates most 
electrical field as its relative permittivity is about 80 times larger than that of the 
air. This explains why we measured the longer working distance in air than that in 
water using the transponder with a large inductor.  
 The wirelessly-extracted frequency of the transponder oscillator is, in 
theory, insensitive to the working distance in the first order. However, DC voltage 
variation at the output of rectifier was observed with different working distances, 
which resulted in finite frequency drift of the transponder oscillator. To improve 
the frequency stability, the voltage regulator was added to the systems as 
described in Section II. Frequency stability with voltage regulator is approved 
from our measurement. To exclude the uncertainty of the MEMS sensor, 200 kΩ 
resistors were used instead in the measurement. Both couplings demonstrated 
frequency measurement errors of less than 1% for different distances. Besides, 
the MEMS sensor has a concentration uncertainty of less than 1%; thus both 
couplings have overall concentration accuracies of less than 2%. The 
specifications of inductive and EM couplings are listed in Table 2 and Table 3, 
respectively. The system has the potential to save 44% of the processing time 
and 50% of DI water (Yan et al., 2009). 
Table 2: Specification of inductive coupling system 
Interrogator inductor 0.47 μH 
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Transponder inductor 1.56 μH 
Working frequency 13.56 MHz 
Oscillator frequency 2kHz-6kHz 
Calibrated concentration range 20 ppb – 200 ppb 
Input power at the Interrogator 20 dBm 
Maximum working distance 6 cm 
Concentration accuracy <2% 
 
Table 3: Specification of EM coupling system 
Impedance in band 50 Ω 
Bandwidth of transponder antenna 100 MHz 
Working frequency 433 MHz 
Oscillator frequency 5kHz-9kHz 
Calibrated concentration range 20 ppb – 600 ppb 
Input power at the sending antenna 20 dBm 
Maximum working distance 25 cm 
Concentration accuracy <2% 
 
 The conductivity of a solution could be estimated by the weighted sum of 
ionic conductivity of each ion in the solution (Coury et al., 1999; Yan et al., 2004):  
i i i
i
z c      (38) 
where σ is the solution conductivity, zi is the species valence, ci is the molar 
concentration and λi is the molar ionic conductivity of each ion. Base on Eq. (38), 
the conductivity of HCl, H2SO4, and NaOH could be calculated as 11.7m, 10.4m 
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and 6.2m, where m is the mass concentration of the solution in ppb. At the same 
mass concentration, NaOH has the lowest oscillator frequency whereas HCl and 
H2SO4 have similar oscillator frequencies, if the frequency is dominated only by 
the resistance of the sensor. 
 Real time measurement of the EM system was performed by immersing 
the transponder in a tank containing various concentrations of chemicals: HCl, 
H2SO4, and NaOH. We let DI water flow constantly to mimic a wafer rinsing 
process. A commercial conductivity sensor (SB80PC from VWR sympHony) was 
placed near the transponder sensor as a reference. All measurements started 
with a conductivity of 50 μS/cm. The wirelessly recorded data of the three 
solutions were plotted in Figure 27. As the rinsing process continued these 
solutions were diluted to less than 60ppb (∆f of ~6.7 kHz) after 600sec. Both the 
commercial sensor and the MEMS sensor on the transponder showed similar 
trend as the rinsing proceeded. However, the MEMS sensor needed more time to 
indicate “clean”. This result was expected as it takes more time to remove the 
impurities inside the micro-features that mimics the patterns on manufacturing 
wafers. 
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 (a) 
(b) 
(c) 
Figure 27: Real time and in-situ rinsing monitoring of different solutions: (a) HCl, 
(b) H2SO4, and (c) NaOH. Transponder responses are the real time and in-situ 
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profile of wafer cleanliness. Undesired frequency peaks exist due to the resistor 
parallel to the sensor and the capacitive impedance of the sensor. Though not a 
problem for practical rinsing, the frequency peaks could be further optimized or 
removed. 
 In all three chemical rinsing experiments, we observed undesired 
frequency peaks (Figure 27). These peaks result from the capacitive part of the 
MEMS sensor. We have a 200-300 kΩ resistor (Rp) in parallel with the MEMS 
sensor to estimate impedance of no liquid (when the wafer is dried). As a result, 
the impedance of the sensor, the parallel resistor and the capacitor from the 
oscillator could be modeled as in Figure 8, which is equivalent to a series RC 
circuit (Req, Ceq, and Cosc). r is the resistance of the sensor and is a function of 
solution conductivity. Cd is the double layer capacitor of the sensor (Yan et al., 
2004; He et al., 2005; Timmer et al., 2002), which increases as concentration. 
Cosc is a discrete capacitor of the oscillator to set the oscillation at a few kHz.  
The impedance of the parallel part (sensor and Rp) could be expressed as: 
 
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Thus, the equivalent capacitor (Ceq) could be found by 
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     (40) 
 When the concentration is high (t = 0 in the Figure 27), r is negligible to 
Rp and the Ceq is dominated by Cd. Cd starts to increase as rinsing process 
continues to dilute the solution. So does Ceq. However, as the rinsing process 
continues the concentration decreases and r becomes comparable to Rp. The 
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change of Ceq is, now, dominated by r. The RC constant, the product of Req and 
Ceq in Figure 28, exhibits a local minimum around 200-400 second, showing 
frequency peaks. However, the peaks are located far from “clean” state; thus it 
does not hurt the practical use of the system. In any case, if the system needs to 
operate at high concentrations, one can reduce Rp, moving the peaks to higher 
frequency, at the expense of less sensitivity and accuracy in low concentration 
range. Alternatively, a very large Rp, moving the peaks to lower frequency, 
outside the oscillator frequency range, could be used to eliminate the peaks, yet 
the system may not be eligible to monitor the drying process as the oscillator 
frequency could be too low to be extracted from the carrier. 
 
Figure 28: Equivalent model of the RC series circuit that determines the oscillator 
frequency, Ceq decreases first and increases later as concentration increases, 
which causes the undesired frequency peaks in the real time in-situ rinsing 
profiles. 
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Chapter 4 
SUPPLY TUNING FOR FBAR BIOSENSOR 
4.1 Temperature Effects and Compensation Approach  
The oscillation frequency of the FBAR-based oscillator, illustrated in Figure 5(c), 
is proportional to 1 (Lw  Leq )Cext , where Lw is the inductance caused by wire 
bonds, Cext is the equivalent capacitance of the two capacitors (C1 and C2) and 
Leq is the equivalent inductance of FBAR. The equivalent inductance of FBAR, 
Leq, can be derived from the electrical impedance of FBAR. Using the MBVD 
model, the impedance of FBAR is expressed as: 
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 The equivalent inductance of FBAR can be calculated from the imaginary 
part of the FBAR impedance divided by ω when ignoring AD in the numerator 
and A2 in the denominator in Eq. (41):   
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 In Eq. (42), though RmR0 (~ 10) is two or three orders smaller than 
2
0 0
1m
m
L
C C C  (~ 10
3), RmR0 is not negligible as the temperature coefficient of 
RmR0 may be two orders larger compared to that of 2
0 0
1m
m
L
C C C . Especially, 
the temperature coefficient of R0 has a wide range from 1000 ppm/K to 10 %/K 
(Gabl et al., 2003; Yu et al., 2005) and is a function of temperature, oscillation 
frequency and device fabrication parameters. Using the Taylor expansion, the 
temperature coefficient of equivalent inductance, TCLeq, can be derived as a 
function of the temperature coefficient of oscillator frequency, TCfosc: 
   eq osc s osc p
s p
TCL TCf TCf TCR TCf TCf TCR               (33) 
where TCfs and TCfp are the temperature coefficients of series and parallel 
resonances, respectively and TCR is the temperature coefficient of RmR0.  
 The temperature coefficients of Cext (from C1 and C2) and Lw (from 
aluminum wires) are negligible since they are divided by 
2eq
eq w s p
L
L L
 
   
       
 in the expression for TCfosc, the temperature 
coefficient of oscillation. Therefore, TCfosc is mainly governed by TCLeq:  
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 (44) 
 Assuming 
s p
 
      is greatly larger than 2, Eq. (44) suggests that 
TCfs, TCfp and 
s p
TCR     
     
 are the main elements to determine 
TCfosc.  Eq. (44) also indicates that tuning the series and parallel resonant 
frequencies of FBAR can effectively compensate the temperature effect of the 
oscillator. 
 In our approach, such tuning is achieved by adjusting the supply voltage 
of the FBAR-based oscillator. When the oscillator supply voltage changes, two 
different mechanisms allow the FBAR resonances and oscillator frequency to 
change. The first mechanism is the electrical stiffening of piezoelectric material, 
which is associated with the DC bias across FBAR (Kim et al., 2005; Pang et al., 
2004). The DC bias introduces strain in thickness direction and changes the 
FBAR resonance since the resonant frequency is inversely proportional to the 
thickness of piezoelectric layer. Moreover, DC bias alters the elastic stiffness 
constants of piezoelectric material, which is proportional to the square of the 
  67 
resonant frequency of FBAR. However, prior studies showed the tunability from 
DC bias mechanism is very small, limited to the order of -10 ~ -100 ppm/V (Kim 
et al., 2005; Pang et al., 2004).  The second mechanism results from the AC 
across the FBAR. FBAR is transparent to AC while blocking DC. The passing AC 
generates heat within FBAR, which increases the temperature of FBAR. The 
temperature increase of FBAR due to AC heating could be calculated from the 
thermal equilibrium between the heat generated by AC current (Joule heat) and 
the heat dissipated (Tummala, 2001) to the environment: 
 2 ai R hA T T   (45) 
where i is the AC current pass through FBAR, R is the equivalent resistance of 
FBAR, h is the heat transfer coefficient, A is the surface area of FBAR, T is the 
surface temperature of FBAR and Ta is the ambient temperature, respectively. 
From Eq. (45), AC fluctuation across FBAR results in a temperature change of 
FBAR, T-Ta. Thus, the frequency tuning of AC is obtained by TCfosc x (T-Ta). The 
tuning effect from AC is very effective; the frequency tunability by AC is in the 
range of -1000 ppm/V.  This AC tuning effect is used for the temperature 
compensation in this work.  Ideal temperature compensation is achieved when 
the net oscillation frequency shift by both temperature effect and supply voltage 
tuning is zero, which is: 
0v osct V TCf T   
 (46) 
where tv is the voltage tunability in ppm/V. 
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4.2 Fabrication and Assembly 
The fabrication of FBAR follows a standard silicon micromachining 
technology, illustrated in Figure 29(a). Fabrication starts with silicon dioxide 
growth on a <100> silicon wafer. 2000Å thick SiO2 is thermally grown on the 
wafer, followed by a deposition of 6000Å thick low-stress silicon nitride layer by 
LPCVD (Low-Pressure-Chemical-Vapor-Deposition). The silicon nitride layer 
serves as a supporting diaphragm. Then, 1600Å thick aluminum is evaporated 
and patterned as the bottom electrode. The Al electrode has a size of 100 μm by 
100 μm, which determines the effective area of the FBAR. On the top of Al 
electrode, 1μm-thick ZnO is sputtered. Then 300Å/1500Å thick Cr/Au is sputtered 
and patterned by lift-off on the ZnO layer as the top electrode. To release the 
diaphragm, the wafer is etched through from the backside by Deep RIE (Reactive 
Ion Etch). The SiO2 layer beneath silicon nitride layer is used as a stopping layer 
for the Deep RIE step. The SiO2 layer may not be very smooth after the Deep 
RIE due to the physical bombardment during the Deep RIE process; thus the 
SiO2 layer is etched after the Deep RIE step. A photograph of a fabricated FBAR 
is shown in Figure 29(b). 
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 (a) 
 (b) 
Figure 29: (a) Fabrication process of the FBAR, (1) thermally grown SiO2 and low 
stress silicon nitride by LPCVD; (2) Al deposition and patterning; (3) ZnO 
deposition and patterning; (4) deposition of Cr/Au and patterning; (5) Deep RIE to 
release the membrane and removing removing SiO2 beneath silicon nitride, and 
(b) Schematic of a fabricated FBAR 
The fabricated FBAR device is mounted to a PCB board and electrically 
connected using a wire bonder. The PCB board is patterned by a board writer, 
LPKF ProtoMat C30s. A BJT transistor, NE68119, is used in the oscillator. The 
capacitors are made of NPO ceramic which have the temperature coefficients of 
Bottom 
electrode
Top 
electrodes
SiN
Diaphragm
Piezoelectric 
(ZnO) Film
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less than ± 30 ppm/K. At the edge of the board, a 50Ω connector is soldered to 
provide access to measurement equipments. The fabricated oscillator is shown 
in Figure 30(a). 
 (a) 
 (b) 
Figure 30: (a) PCB implementation of the FBAR oscillator, and (b) Measured 
frequency spectrum of the FBAR oscillator. fs and fp are series and parallel 
resonances of FBAR respectively. 
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4.3 Measurements Results and Discussion 
In order to verify the temperature compensation by supply voltage tuning, the 
tunability and temperature coefficient of oscillation frequency are measured. 
Also, the temperature coefficients of FBAR’s series and parallel resonances are 
measured to evaluate their impacts on the temperature coefficient of oscillation 
frequency. 
 
Figure 31: Temperature coefficients of series, parallel resonances and oscillation 
frequency. 
 Series and parallel resonant frequencies of FBAR are measured by a 
network analyzer (Agilent E5071C). Frequencies where the phase of S11 reads 
zero are the series and parallel resonances of FBAR. To measure the 
temperature coefficients of series and parallel resonances, a radiation heater is 
used to control the temperature of FBAR. A thermocouple is located near the 
FBAR to calibrate the temperature. The temperature coefficients are extracted 
from the slopes of the frequency vs. temperature lines as shown in Figure 31. 
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The series and parallel resonances have temperature coefficients of -46 ppm/K 
and -42 ppm/K, respectively. 
 The oscillation frequency of FBAR-based oscillator is measured by a 
spectrum analyzer (Agilent E4402B) at different temperature. One example of the 
spectrum of the oscillator is shown in Figure 30(b). Oscillation frequency is 
located between the series (1.613 GHz) and parallel (1.633 GHz) resonances of 
FBAR. The oscillation frequency over the temperature change is shown in Figure 
31. The temperature coefficient of the oscillation frequency is extracted to be -
118 ppm/K, higher than the temperature coefficients of series/parallel 
resonances. The difference between the temperature coefficients of 
series/parallel resonances and that of the oscillation frequency is described in 
Eq. (44), which suggests that TCR, the temperature coefficient of RmR0, 
contributes a significant portion of the temperature coefficient of oscillation 
frequency, TCfosc. Yet, TCfosc is also affected by the temperature coefficients of 
discrete components, transistor large signal parameters and interconnect 
parasitics.  
 The frequency tunability of supply voltage tuning is characterized by 
measuring the oscillation frequency at different supply voltage. Tunability 
measurement starts at 25°C with a supply voltage of 3V. Measured oscillation 
frequencies and tuning voltages are plotted in Figure 32(a), which demonstrates 
a linear profile of oscillation frequency and tuning voltage. Decreasing the supply 
voltage by 0.14 V increases the oscillation frequency by approximately 550 ppm; 
a large tunability of -4305 ppm/V is achieved.  This large tuning is mainly 
attributed to the AC heating effect, as described in section 2. Measuring AC 
heating effect with FBAR itself is difficult because equipments or circuits that can 
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power the FBAR with AC, even an AC source, would load the FBAR, resulting in 
additional temperature/AC sensitivity and require compensation. Instead, we 
estimate the contribution of AC heating effect directly from the measurement of 
oscillator output. Though electrical components in oscillator have finite 
temperature/AC coefficients, their contributions will be suppressed by a factor of 
2eq
eq w s p
L
L L
 
   
        as shown in Eq. (44). The suppression factor is in 
the order of from 102 to 104 depending on the Q of FBAR, which states that the 
oscillator can effectively suppress undesired temperature/AC response from 
components other than FBAR. AC across the FBAR is in the same order of and 
proportional to the oscillator AC output, which is measured in Figure 32(b). The 
slope of the line, 0.65 V/V, corresponds to the sensitivity of the oscillator output 
to the supply voltage. Assuming heat transfer coefficient is 10 W/m2K, FBAR has 
an equivalent resistance of 5Ω and the surface area of FBAR is 1mm2, the 
estimated temperature change is in the order of 10 K/V. Since the temperature 
coefficient of oscillation is in the order of -100 ppm/K, the resulting frequency 
tunability of AC heating is estimated in the range of -1000 ppm/V, which is in 
accord with the measurement in Figure 5(a). With such large frequency tunability, 
only a small supply voltage change is needed to tune the frequency at a given 
temperature variation and barely affects the performance, e.g. phase noise, of 
the oscillator. 
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(a) 
(b) 
Figure 32: (a) Voltage tuning on the oscillation frequency, and (b) Amplitude of 
oscillator output changes with tuning voltage. (Measurement error bars are 
shown). 
 The tuning voltage is calculated from Eq. (46) to implement temperature 
compensation. For 5ºC temperature increase, the supply voltage needs to be 
decreased by 0.14 V. Figure 33 shows before and after the temperature 
compensation on the oscillator frequency. Frequency fluctuation exists due to the 
inaccuracy of DC power supply, which can be improved as future work. The 
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uncompensated oscillation frequency has a temperature coefficient of -118 
ppm/K, which is improved significantly to less than 1 ppm/K by the tuning 
technique. 
 
Figure 33: Temperature compensation within 5ºC. (Measurement error bars are 
shown). 
 A complete feedback system of automatic temperature compensation is 
feasible using the presented technique, a thermometer and a regulating IC, all in 
a feedback loop. In such a system, the supply voltage tuning serves as an 
effective tuning method to vary oscillation frequency according to temperature 
variation, read by the thermometer in vicinity to the FBAR. Due to such an 
indirect temperature measurement, FBAR is suggested to be placed in a 
package, where air flow is well controlled to make sure the indirect temperature 
measurement reflects the true temperature of FBAR correctly. The feedback 
does not require a large bandwidth since the time constant associated with 
temperature response is very large. The presented technique requires a fine 
control of supply voltage, a challenge for the complete system, yet a high 
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resolution digitally controlled voltage source can be used to overcome the 
challenge.  Also, if the FBAR-based oscillator can be integrated with a regulator 
IC, that would be the most area-effective solution and remains the future work. 
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Chapter 5 
SUMMARY AND FUTURE DIRECTION 
The dissertation focuses on interface circuitry of MEMS bio-sensing and 
chemical sensing applications.  
First, the dissertation presents a high efficiency DC-DC converter for a 
miniaturized Microbial Fuel Cell (MFC). A miniaturized MFC serves as an 
alternative power source for low power applications. It has a maximum power 
typically greater than 10µW with an output voltage of 0.4-0.7V. The application of 
the MFC is limited by its low output voltage and load dependent characteristics. A 
high efficiency DC-DC converter is designed, aiming to boost and stabilize MFC 
voltage. Choice of converter topologies and design parameter optimizations are 
discussed in detail. Measurements with fabricated DC-DC converter in UMC 
0.18µm suggest that the converter can provide a load independent output at 0.9V 
with a peak conversion efficiency of 85%.  
It is the first time that a thorough low power optimization technique is 
implemented to switching inductor based DC-DC converter for low energy output 
MFC, which makes MFC feasible for low power applications. The designed and 
fabricated converter has demonstrated the highest efficiency among prior study, 
aiming at 10µW level. 
Though challenging, the DC-DC converter for MFC could be improved in 
several aspects. The efficiency of the converter could be further improved by 
optimizing the power consumption from the body diodes conduction. Optimized 
device size or discharging current will lower the power consumption of the body 
diodes conduction by 100's nW and increase the efficiency by a few percents. 
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The temperature instability of the converter could be mitigated by introducing a 
low voltage and low power band-gap reference on-chip. The voltage variation is 
expected to be lower by an order of one or two. 
Secondly, the dissertation demonstrated the power harvesting and 
management in wireless application. The dissertation reports a side-by-side 
comparison of two wireless and passive sensing systems: inductive and 
electromagnetic (EM) couplings for an application of in-situ and real-time 
monitoring of wafer cleanliness. Semiconductor facilities consume large amounts 
of water, most of which is used for rinsing of wafers during cleaning steps. To 
optimize water use, real-time and in-situ monitoring of wafer cleanliness during 
rinsing is necessary; yet no prior art has been reported for real-time and in-situ 
monitoring. A MEMS sensor is designed to measure the resistivity of water, 
corresponding to the ionic concentration, to evaluate the rinsing process inside 
the micro-features. The transponder, containing the MEMS sensor, receives 
power from an external interrogator, modulates the resistivity data, and emits 
back the modulated signal to the interrogator, in all wireless and battery-free 
operation. Two wireless systems based on inductive and EM couplings have 
been implemented on 4-inch glass wafers, maintaining the wafer form factor. The 
working distance of the inductive coupling system is likely limited by signal to 
noise ratio (SNR) while that of the EM coupling is primarily limited by the coupled 
power. Hence, inductive coupling is suitable for a short distance measurement 
that allows more sophisticated functionality with sufficient power whereas EM 
coupling could be optimized for long distance detection but has a tight power 
budget. The implemented on-wafer wireless monitoring units achieve a working 
distance of 6 cm and 25 cm with a concentration resolution of less than 2% (4 
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ppb for a 200 ppb solution) for inductive and EM couplings, respectively. Real-
time and in-situ characterization of system was performed with three different 
control solutions: hydrochloric acid (HCl), sulfuric acid (H2SO4), and sodium 
hydroxide (NaOH) and proves that the system is practical for monitoring rinsing 
process in semiconductor and MEMS manufacturing facilities. 
It is the first time that passive and wireless monitoring technology is 
implemented in saving energy and water in semiconductor/MEMS manufacturing. 
Two widely used passive and wireless coupling systems: inductive and 
electromagnetic couplings are explored and compared which provide information 
for choosing the right topology in different applications. 
Several interesting research directions remain. The monitoring system 
could be tested in stressed conditions for a long term to statistically provide the 
reliability of the system and predict the lifetime in real applications. The system 
needs to be characterized with industrial rinsing solution and recipe to reveal the 
actual capability in real-time and in-situ monitoring. In addition, the conversion 
efficiency of the rectifier could be optimized. A customized solution with capability 
to optimize the sizes and values of rectifier components is attractive and is 
expected to boost the conversion efficiency from 10-20% to at least 50% (Vita et 
al., 2005), which means longer working distance and more functions could be 
realized. 
Finally, the dissertation presents that the supply tuning could be 
implemented in bio-sensing application to mitigate temperature sensitivity of 
FBAR. The FBAR-based oscillator is an attractive method in label-free sensing 
application. In this dissertation, the analysis of temperature effects on a zinc 
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oxide (ZnO) based FBAR is detailed. Improved FBAR resonator has a high 
quality factor (Q) in liquid environments. Q up to 120, an improvement of at least 
8× greater than state-of-the-art devices in liquids, is achieved by integrating a 
microfluidic channels with thickness comparable to the acoustic wavelength in 
the FBAR. The FBAR has a finite temperature sensitivity, which degrades Q and 
shifts its resonant frequency, resulting in undesirable false-positive/negative 
responses. To minimize the temperature sensitivity, Sources of temperature 
effects are analyzed and FBAR’s resonant frequency is characterized in a Pierce 
oscillator. The frequency shift is compensated by tuning the supply voltage of the 
oscillator, achieving a large tunability of -4300 ppm/V. Measurements 
demonstrate that Q variation is controlled within 2.5% per centigrade while the 
temperature coefficient of oscillation frequency reduces from -112 ppm/K to less 
than 1ppm/K. The tuning technique adds no additional component and has a 
large frequency tunability of -4305 ppm/V. 
It is the first time that FBAR oscillator is demonstrated to be tuned by 
supply voltage to reduce the frequency shift due to ambient temperature 
variations, which brings no extra components and will not degrade the 
performance of FBAR oscillator compared to other tuning methods outlined in 
Chapter 4. 
Future research directions includes a complete sensing, control and 
tuning FBAR oscillator integrated on a single chip, which achieves bio-sensing 
resistant to ambient temperature change. Monolithic integration of FBAR is still 
challenging; FBAR built by AlN rather than ZnO is an attractive alternative, which 
has demonstrated seamless compatibility with IC fabrication process. Optimizing 
the phase noise of on-chip FBAR oscillator is also an interesting direction. On-
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chip components such as capacitor, resistor and inductor are lossier and less 
accurate than their discrete counterparts. However, they are key elements to 
achieve low phase noise oscillator in order to sense bio-molecule interaction 
events with high resolution. Continuous device improvement and design 
optimization could be explored to further reduce the size of the sensing system 
and enhance the performance of the bio-sensing. 
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